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Abstract—This paper presents a 40-GS/s continuous-time band-
pass�� analog-to-digital converter centered at 2 GHz for wireless
base station applications. The ADC consists of a fourth-order loop
with multiple feedback and is designed entirely in the -domain.
The circuit achieves an SNDR of 55 dB and 52 dB over bandwidths
of 60 MHz and 120 MHz, respectively, and an SFDR of 61 dB with
a single-ended IIP3 of +4 dBm. The center frequency is tunable
from 1.8 to 2 GHz. It employs a – VAR filter based on a
MOS-HBT cascode transconductor with an NFMIN of 2.29 dB.
The entire circuit is implemented in a 130-nm SiGe BiCMOS tech-
nology with 150-GHz SiGe HBT and dissipates 1.6 W from a
2.5-V supply.

Index Terms—Analog-to-digital converter, continuous-time,
delta-sigma, direct RF sampling, SiGe BiCMOS.

I. INTRODUCTION

ADVANCES in silicon technologies have led to transistors
having and in excess of 150 GHz. With these

devices, it becomes feasible to directly digitize the RF carrier.
The main benefit of a direct sampling receiver is the flexibility
it provides to process the entire system bandwidth in the digital
domain, while replacing most of the analog circuitry used for
downconversion and filtering. Channel selection can be per-
formed by digital filters, which are relatively easy to implement
in sub-100-nm technologies. This trend is captured in the radio
receiver architecture shown in Fig. 1, with the digital receiver
directly following the antenna and duplexer. This topology
achieves direct digitization without using subsampling mixing
[1], [2], which is known to increase the receiver noise figure
(NF) [3], and without analog downconversion [4]. In compar-
ison to Fig. 1, the receivers of [1], [2], and [4] support only a
single radio channel.

This paper describes a direct digitizer for 2-GHz radio sys-
tems implemented as a continuous-time ADC. Since the
power supply voltage follows the ever-decreasing breakdown
voltage of transistors in advanced technology nodes, one must
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Fig. 1. Top level architecture of a digital receiver.

take advantage of the faster response of transistors and compen-
sate for the reduced signal amplitude by exploiting timing infor-
mation. modulators are an attractive solution for di-
rect sampling receivers, because they trade off resolution in am-
plitude for resolution in time, while having high resolution, low
power and low complexity compared to other ADC types. They
can potentially replace the analog blocks (excepting the VCO/
PLL) of a wireless receiver, including the low-noise amplifier
(LNA), and directly digitize the RF signal. Continuous-time
bandpass ADCs centered between 0.8 to 1 GHz were re-
ported in the 1990s, but insufficient transistor speeds resulted in
inadequate circuit performance [5]–[7]. Unlike all previous
ADCs, the proposed architecture incorporates the LNA in its
main path, as the input stage of the loop filter. Compared to other
bandpass ADC designs with GHz clocks [5]–[9] and operating
from 3.3 V or higher supplies, this work employs a new, highly
linear and low-noise MOS-HBT cascode filter topology, which
is powered from a 2.5-V supply. To process the entire system
bandwidth and have sufficient resolution, as required in a base
station receiver, a large oversampling ratio (OSR) is needed. Al-
though a bandpass clocked at 42.6 GHz has been demon-
strated in [10], the circuit was implemented in a superconduc-
tive technology with Josephson junctions. The 40-GHz clock
frequency in the present paper is two times larger than in any
previously reported semiconductor ADCs, marking the first
use of mm-wave clocks in silicon .

This paper is organized as follows. Section II presents the
system level design methodology of the loop in -domain. Cir-
cuit design is discussed in Section III, where the filter, DACs,
quantizer and clock distribution topologies are analyzed. At the
core of all circuits is the MOS-HBT cascode topology, which
provides the best linearity, and the best frequency response in
both the analog and digital parts of the chip. Finally, measure-
ment results of a loop filter break-out and of the entire ADC are
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Fig. 2. System-level ADC block diagram.

summarized in Sections III and IV, respectively, along with a
comparison to state-of-the-art GHz-sampling ADCs.

II. SYSTEM-LEVEL DESIGN

Fig. 2 shows the system-level architecture of the ADC.
It is based on a classical feedback topology with two resonators
and two feedback paths. The bandpass loop filter consists of two

– stages. A master–slave–master D-type flip-flop with
5-ps rise and fall times [11] is used as comparator and quantizer.
The single-bit quantizer is clocked at 40 GHz to create a large
OSR such that the ADC can convert the full system bandwidth.
Choosing a large OSR can also give an insight into the impact
of clock jitter and loop delay to multi-GHz . Feedback
is applied through two current steering return-to-zero (RZ)
DACs. While the master–slave–master topology compensates
for metastability, it introduces an additional half-clock cycle
delay in comparison to a simple master–slave implementation.
The tail currents of the feedback DACs were adjusted to ensure
that the ADC is stable in the presence of excess loop delay
[5]. A second technique that helps mitigate the impact of
the delay is the choice of a RZ instead of non-return-to-zero
(NRZ) pulse. A loop with RZ pulses can tolerate delays of
up to half a clock cycle without signal-to-noise-and-distortion
ratio (SNDR) degradation. This becomes important as clock
frequencies exceed 1/5 of the transistor [5]. Since the output
digital stream has 40-Gb/s content, a 50- driver with 50-GHz
bandwidth [11] is employed to drive the signal off chip.

In continuous-time , the closed loop stability is tradi-
tionally analyzed in the -domain. The coexistence of analog
(loop filter) and digital (quantizer, DACs) components makes

the design of such a circuit cumbersome in the -domain. Typ-
ically, the design process starts from a discrete-time transfer
function that satisfies the requirements in OSR, SNDR, and spu-
rious-free dynamic range (SFDR). The loop filter is then trans-
formed to its equivalent in the Laplace domain. In bandpass
ADCs, the – filter is the most popular approach when
the center frequency is in the RF range. Such a circuit, how-
ever, cannot implement the -to- domain equivalence due to
the inherent absence of a low-pass term in the transfer function
of the bandpass filter. Historically, this problem has been ad-
dressed in two ways. The first approach [12] uses an optimiza-
tion algorithm that tries to match the impulse response of the

and -domain filters. Another approach [13] employs a mod-
ified quantizer that has half a clock cycle delay. The resulting
loop filter can be made equivalent to its -domain counterpart,
due to the extra degrees of freedom inserted into the system by
the two DAC pulses. This scheme, however, poses circuit im-
plementation difficulties when the clock is in the GHz range. At
mm-wave sampling speeds, it is difficult to maintain the phase
delay between the two parallel DAC pulses.

A new method that bypasses the -domain analysis is pro-
posed here. The loop filter is directly designed in the -domain
using established analog filter design techniques. Stability is
verified by employing a linear approximation of the quantizer.
The design procedure begins with the derivation of the loop filter
transfer function. The loop filter can be chosen to have a flat
response in the passband and its transfer function can be de-
rived either from a low-pass prototype [14], or directly in band-
pass mode. The filter is centered at 2 GHz and covers the entire
60-MHz bandwidth of the CDMA system. The transfer function
of a filter with quality factor , center frequency ,
and gain constant is

(1)

Ideally, the two poles of each resonator should be placed close
to the axis to achieve large suppression of quantization noise.
The ADC closed-loop transfer function with two resonators and
two feedback DACs is described by (2), shown at the bottom
of the page, where , are the transconductances of the
bandpass filters and , are the transconductances of the
DACs. For simplicity it has been assumed that the two stages are
tuned to the same center frequency. The transfer function of the
filter path is described by

(3)

(2)
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and the RZ DAC transfer function is expressed as

(4)

The two pairs of poles from (3) are located at

(5)

If the effect of the quantizer is ignored , the root
locus method for stability analysis shows that the loop is uncon-
ditionally stable (i.e., poles do not enter the right half-plane).
However, the quantizer must be taken into consideration in the
design, because it introduces a variable gain element in the
loop. For small input signals, the system gain can increase and
lead to the generation of limit cycles [15]. Equation (2) cannot
be solved analytically for the evaluation of stability, due to the
exponential term of the DAC transfer function. To overcome this
issue, one solution is to estimate the poles and zeros numeri-
cally, as shown in [15], but this adds complexity to the design
procedure. Instead, we can employ a rational function to approx-
imate the quantizer/DAC transfer function . By using the
Padé approximation [16], a linear system with delay can be
expressed as

(6)

The first-order approximation of the quantizer followed by a
delay element is

(7)

which describes mathematically the combination of the flip-flop
and DAC, including the excess loop delay. The root locus of the
modulator can now be plotted since the quantizer is approxi-
mated by a rational expression. Part of the root locus plot around
the filter poles is reproduced in Fig. 3. The filter poles move from
the values defined in (5) when the loop is open, and
(no feedback) to the position of zeros for an infinite gain in the
loop as (zero input signal to the modulator). As the
gain in the loop increases due to the presence of the quantizer,
one pair of the filter poles moves toward the -axis. For certain
gain values, the loop can become unstable. This occurs when the
poles enter the right half-plane for a gain of .
In order to ensure stability of the system for low input signals,
the total gain introduced by the quantizer must be smaller than

. If the loop gain for small input signals is comparable to
the maximum allowable gain, the feedback transconductances

must be adjusted to reduce the closed loop gain.
The design methodology for the continuous-time bandpass

ADC can be summarized in the following steps.
1) Design a bandpass filter in -domain.
2) Map filter transfer function to circuit parameters ( , ,

, ).
3) Check for stability with root locus method.
4) Adjust to account for excess loop delay.

Fig. 3. Root locus of fourth-order bandpass �� ADC.

Fig. 4. System-level simulation of �� ADC (N = 65536).

Following the derivation of the loop parameters, the system
level model must be verified in a behavioral simulation. The
fourth-order model was simulated in Matlab Simulink in
order to capture the real effect of the quantizer. The final ADC
parameters were mS, mS, mS
and mS. The ADC achieves an SNDR dB
over 60 MHz at 2 GHz (Fig. 4) and is able to recover its
noise shaping after being overloaded with a full-scale (FS) input
signal.

III. CIRCUIT DESIGN

A. Loop Filter

The circuit schematic of the fourth-order loop filter is shown
in Fig. 5. The first stage serves as both the input transconductor

and the receiver LNA. The filter tank consists of an
– combination, with nH (differential) and

pF, such that

(8)

The varactor was added to provide a means of adjusting the
center frequency. Its capacitance varies between 0.4 and
0.8 pF. It is significantly smaller than in order to maintain a
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Fig. 5. Circuit schematic of 2-stage loop filter.

high quality factor while still providing more than 10% tun-
ability at 2 GHz. The varactor control voltage is applied
from an external power supply.

The combination of nMOSFET and HBT transistors in the
cascode amplifier provides maximum linearity and isolation
allowing for lower power supply than is otherwise possible
with an HBT-only implementation. Since the design goal for
the filter is linearity rather than gain, we take advantage of the
excellent linearity of nMOSFETs when biased at the peak-
current density of 0.4 mA m. Under peak- bias, the
130-nm nMOSFET exhibits 0.45 linear swing at its gate
for 1-dB compression of and does not require inductive or
resistive source degeneration for improved linearity. The NF is
only slightly degraded from its minimum value at 0.15 mA m
[17]. A degenerated HBT-HBT cascode would increase the NF
of the circuit for the same linearity. Furthermore, the linearity
is improved over that of a MOS-MOS cascode by the higher
output voltage swing and output resistance of the HBT in the
MOS-HBT cascode. The degeneration inductor is used to
make the real part of the input impedance equal to 50 , as in
an LNA. The MOS-HBT cascode has an of 80 GHz.

GHz
pH (9)

The common mode inductor suppresses the even order har-
monics of the first transconductor with minimal noise contribu-
tion. A current source or a resistor could provide common mode
rejection but at the expense of increased noise. Both filter stages
are biased at the peak- current density. The resistors at the
drains of M5/M7 lower the across these transistors below
1.2 V.

Assuming a NF of 2 dB across a signal bandwidth of 60 MHz
and an SNR dB for voice/data signals, the
receiver sensitivity at room temperature without accounting for
quantization noise is

dBm/Hz NF SNR

dBm (10)

Fig. 6. Measured S of the filter test structure.

Based on the measured sensitivity of the flip-flop at 40 Gb/s
[11], the minimum signal required at the input of the quantizer
is 10 mV per side. The LNA/filter must therefore amplify the
minimum input signal up to at least 10 mV at the first stage
of the quantizer. The voltage gain of the two-stage filter must be
larger than

mV
(11)

Each LC filter tank has a of 11 and can be represented
at resonance as a parallel RLC network with

, resulting in a voltage gain of the first stage
. The total gain of both stages is about 36.

To reach the required , the filter must be further
improved by a factor of 2. Therefore, we can conclude that the
sensitivity of the present design is limited by the of the filters.

The linearity of the ADC is also determined by the voltage
swing at the output of each amplifier stage. The maximum
voltage swing at the collectors of Q1-Q2 should not drive
the HBTs into saturation. Assuming a bias current and

, the maximum swing is

(12)
or 2.6 . For a single-ended gain of 6 and 2.6 V swing, the
maximum allowable input signal is , cor-
responding to an input power of 3 dBm. This value is ap-
proximately equal to the receiver , as will be shown in
Section IV.

Single-ended S-parameter, NF and differential and IP3
measurements were performed on wafer on a separate filter test
structure, identical to the one used in the ADC. Fig. 6 illus-
trates the tunability of the filter for two varactor control voltages

and 2.5 V. The minimum value of the measured
NF is 2.29 dB at 2 GHz (Fig. 7). As can be seen in Fig. 8,
the maximum value of the differential is 0.5 dBm and
occurs at 0.4 mA m current density, which coincides with the
flat region of the transistor transfer characteristic. The
differential IIP3 and OIP3 of the filter are 0.5 dBm and 9 dBm,
respectively, as can be found in Fig. 9. It should be noted that
when used in the ADC, the filter linearity is higher than that of
the test structure because of the feedback network.
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Fig. 7. Measured NF of the filter test structure.

Fig. 8. Measured filter linearity and g of nMOSFET versus current density.

Fig. 9. Measured IP3 of the filter test structure.

B. Feedback DACs and Quantizer

Fig. 10 shows the DAC topology, similar to the one in [18] but
implemented with MOS-HBT cascodes which allows it to op-
erate from 2.5 V with improved frequency response. When both

Fig. 10. Circuit schematic of RZ DAC.

Fig. 11. Circuit schematic of latch.

M1 and one of Q1-Q2 turn on, flows though the nodes
DACP or DACN and is subtracted from the feedback node,
which is the collector of the MOS-HBT amplifier in the filter.
The clock signal switches the differential pair M1-M2 and gen-
erates the RZ current waveform. The presence of HBTs Q1-Q2
provides a large ratio and reduces the voltage swing
that is required at the quantizer output to fully switch the DACs.
Transistors Q3-Q4 act as dummy loads to ensure the symmetry
of the waveform.

The schematic of the latch used in the master–slave–master
flip-flop is illustrated in Fig. 11. It is based on the same
MOS-HBT cascode and has similar speed from a lower power
supply [11] when compared to an HBT-only implementation.
The HBTs provide large gain on the data path to reduce the
effect of quantizer metastability. To fully switch the DACs and
output driver, the voltage swing at the quantizer output must
be higher than 300 mV . If the master–slave–master latches
do not have adequate output swing, the DACs in the feedback
loop of the ADC will not operate correctly. For a minimum
input data swing of 10 mV , this requires a voltage gain of 30,
which can only be realized by cascading at least three latches
in a master–slave–master configuration.
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For an of 14 mA and a load resistance of 35 ,
the data path gain of the latch (from the data input to the source
follower) is

(13)

This value ignores the effect of the parasitic emitter resistance
, typically 3.5 for a m m HBT. The effective

transconductance then becomes

(14)

and considering the 0.8 V/V gain in the source follower, the gain
of the latch reduces to about 4. The HBT differential pair pro-
duces a voltage swing of mA mV , which
is further attenuated to 400 mV by the source follower pair.
For this reason a master–slave–master flip-flop is employed with
a total voltage gain of . If a master–slave flip-flop
had been employed, the gain would have been only 16 and the
voltage swing before the driver and DACs would have been only
160 mV , which is inadequate to fully switch a bipolar differ-
ential pair with some emitter degeneration. This analysis gives
a worst-case estimate of the signal gain in the latch. It assumes
that the clock differential pair is switched to one side and the
latch operates as an amplifier. In reality, the gain can be higher
due to the finite regeneration inside the latch. As shown in [11],
the flip-flop produces a high swing output for low input signals
up to 45 Gb/s. From time domain simulations of the latch at
40 GHz, the large signal gain is 5.9 V/V and the regeneration
time is 5.1 ps.

C. Clock Distribution Network and Output Driver

The external clock signal is distributed to the three latches
and two DACs by a broadband clock tree. As depicted in
Fig. 12, the clock network comprises a chain of MOS-HBT
cascode inverters with series and shunt inductive peaking to
extend its bandwidth beyond 40 GHz. The number of stages
is determined by the load that the clock tree drives. Due to the
existence of delay around the loop and accounting for the sub-
sequent adjustment of the tail currents in the feedback DACs,
the flip-flop fanout was increased to ensure that the DACs and
output driver switch completely. The resulting total tail currents
in the flip-flop and DACs are 62 mA and 60 mA, respectively.
Fig. 12 shows the current consumption of each MOS-HBT
inverter, including the emitter-follower differential pair, for a
scaling factor of about 1.5 between successive stages.

The clock distribution network operates as a chain of CML
inverters each with a gain of 1.5. The minimum voltage swing
to switch the 130-nm MOS differential pair biased for max-
imum switching speed is 400 mV [17]. For a tail current of
3 mA, the MOS-HBT inverter (Fig. 12) has a swing

mV mV and a load resistance
. The cascode is biased at peak- cur-

rent density when the entire is steered through one side.
The bandwidth of the MOS-HBT inverter can be estimated if
the total capacitance at the collector node of is known.

Fig. 12. Block diagram of clock distribution tree and schematic of emitter-
follower MOS-HBT inverter.

Fig. 13. Circuit schematic of 50-
 output driver.

For the MOS-HBT inverter of Fig. 12 with m m
MOSFETs, m m HBT in the cascode and m

m HBT in the emitter-follower, can be estimated as

fF (15)

where is the capacitive load of the next stage

(16)

and

fF (17)

The 3-dB bandwidth dB is 24.5 GHz. With the use of
inductive peaking pH , the bandwidth is extended
to 39.2 GHz.

The output buffer that drives the bitstream to the external
50- loads consists of two bipolar inverter stages with inductive
peaking [11]. As shown in Fig. 13, the second inverter employs
an emitter degeneration resistance in order to improve the band-
width and reduce the impact of distortion in the last stage that
drives the signal off chip.
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Fig. 14. Simulated ADC spectrum (N = 32768).

Fig. 15. Chip microphotograph.

D. Closed-Loop Circuit Simulation

The closed-loop simulation at the transistor level of the entire
circuit, after parasitic extraction is illustrated in Fig. 14. The cir-
cuit must be simulated over a large number of clock cycles to
accurately predict the quantization noise levels [8], but the re-
quired time and amount of generated data makes such a simu-
lation prohibitive at 40-GHz sampling rates. The simulation pe-
riod for 32768 samples is 0.82 s. The spectrum at the output of
the driver is plotted for an input power of 10 dBm and 32768
FFT points. The simulated SNDR of 51 dB is calculated over a
bandwidth of 60 MHz.

IV. ADC MEASUREMENT RESULTS

The circuit was implemented in a 130-nm SiGe BiCMOS
process and occupies mm . The chip microphoto-
graph is shown in Fig. 15. S-parameter, eye diagram and power
spectrum measurements of the ADC were performed on wafer
using 65-GHz GGB probes. Fig. 16 illustrates the measured
and in the passband of the ADC without applying a clock
signal to the circuit. Instead, a DC signal was applied at the clock
input of the circuit to switch the latches to one side and put them

Fig. 16. Measured ADC single-ended S-parameters.

Fig. 17. Measured output eye diagram at 40 Gb/s.

in transparent mode. The filter is 17.5 and the 3-dB band-
width is 120 MHz. Large signal measurements were conducted
by directly connecting one differential output of the circuit to a
50-GHz Agilent E4448A spectrum analyzer (PSA) and the other
output to an Agilent Infiniium DCA-86100C oscilloscope with
70-GHz remote heads. The clock signal was provided from a
low phase noise Agilent E8257D PSG signal source and the RF
input signals were obtained from Agilent E4422B and 83650B
signal sources.

The 40-Gb/s output eye diagram is reproduced in Fig. 17 for
a 2-GHz input, when the feedback loop is turned off and the
analog input is sampled by the quantizer at 40 GS/s. The eye
jitter is less than 0.375 ps rms, indicating that it does not limit the
ADC resolution. For the measured jitter value ps,
OSR , and GHz, the SNR limit due to jitter can
be estimated as [19]

SNR
OSR

dB (18)

proving that the dominant source of in-band noise is quantiza-
tion noise and that the ADC is not close to the theoretical jitter
limit [20]. Similar jitter performance can be achieved with a re-
cently reported 40-GHz VCO/PLL [21] fabricated in the same
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Fig. 18. Measured ADC output spectrum with and without a 2-GHz input
sinusoid.

SiGe BiCMOS technology and having 105 dBc/Hz of phase
noise at 1 MHz offset from the clock frequency.

Fig. 18 shows the measured ADC output spectrum with
and without an input sinusoidal signal at 2 GHz. Losses in
the test setup have not been de-embedded. The loop remains
stable in the absence of the input signal and maintains its
noise shaping, despite the finite of the resonators. The noise
shaping in the lower part of the spectrum is 35 dB/decade,
as displayed in the inset. The theoretical noise shaping of
a fourth-order bandpass loop is 40 dB/decade. The inset is
obtained by shifting the spectrum to 0 GHz, flipping it along
the vertical axis and plotting on a log scale.

The SNDR was found from the measured power spectrum
by integrating the noise around the input signal over the band-
width of interest using the built-in integration function of the
PSA. To accurately measure the SNDR, the resolution band-
width of the PSA was lowered until the noise floor remained
constant. The noise floor obtained in this manner represents the
quantization noise from the ADC. The noise at the ADC output
integrated over 10 MHz band centered at 2 GHz is 73 dBm,
as depicted in Fig. 19 (top trace). When the feedback is turned
off, the circuit and thermal noise contributions are below the

83 dBm ( 153 dBm/Hz) sensitivity of the spectrum analyzer
(Fig. 19, bottom trace), indicating that quantization noise is the
main limitation in the circuit. The output versus input power
transfer characteristic at 2-GHz is reproduced in Fig. 20. The
single-ended SNDR is plotted as a function of input power for
10-MHz, 60-MHz, and 120-MHz bandwidths in Fig. 21. The

Fig. 19. Measured noise floor at the ADC output (top trace). The noise floor
of the ADC drops from �73 dBm to �83.45 dBm (bottom trace) when the
feedback is off, indicating that quantization noise is limiting the ADC.

Fig. 20. Measured output versus input power of the ADC for a 2-GHz single-
tone input.

Fig. 21. Measured dynamic range for a 2-GHz single tone input.

ADC achieves SNDR values of 63 dB, 55 dB, and 52 dB over
10 MHz, 60 MHz, and 120 MHz, respectively, for a single tone
at 2 GHz. The measured peak SNDR as a function of band-
width can be found in Fig. 22. The simulated SNDR (Fig. 14)
has 32768 samples, corresponding to an FFT bin of 1.22 MHz,
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Fig. 22. Measured peak SNDR versus bandwidth for a 2-GHz single tone input.

Fig. 23. Measured ADC two-tone spectra at 2 GHz with P = �30 dBm.

100 times larger than the PSA resolution bandwidth. As can
be seen in Fig. 19, the ADC passband has an approximately
flat noise distribution. The SNDR can be further improved by
adding cross-coupled negative resistance cells across the filter
tanks to increase their [5]. However, this option should be
carefully analyzed as high- circuits suffer from low linearity,
high noise, and instability.

The single-ended IIP3 dBm, dBm, and
dB of the entire ADC were obtained from two-

tone measurements with 10-MHz spacing, as shown in Fig. 23.
The ADC linearity is better than that of the filter test structure
discussed in Section III-A due to the application of feedback.
From the measured value and noise floor of Fig. 20, the
dynamic range (DR) of the receiver over 60 MHz, is 53 dB.

The circuit dissipates 1.6 W from a 2.5-V power supply.
Table I summarizes the performance of the ADC. Almost half

Fig. 24. Comparison of mm-wave �� ADCs.

TABLE I
PERFORMANCE SUMMARY OF �� ADC

of the power (0.74 W) is consumed by the clock path and output
driver with the rest being dissipated by the filter, DACs, and
quantizer. In comparison to recently-published ADCs (Fig. 24),
this ADC achieves the best figure of merit (FoM) [20]

FoM (19)

among the bandpass designs [6]–[9], [22] and comparable per-
formance to the low-pass ADCs of [18] and [23], which were
implemented in 200-GHz InP and SiGe HBT technologies,
respectively. Although the output stream of the ADC must be
decimated to lower rates, a low-power 40-Gb/s decimation filter
consisting of a DEMUX and digital filters can be realized in
SiGe BiCMOS with only 10 mW per latch [21] at 2.5 V. The
power dissipation of a 1:2 DEMUX consisting of three latches
would be 30 mW. The FoM would not be significantly degraded
by the decimation stage.

V. CONCLUSION

A fourth-order continuous-time bandpass ADC, clocked
at 40 GHz and centered at 2 GHz has been demonstrated. The
loop filter employs two – stages with MOS-HBT cas-
code transconductors for high linearity, low noise, and lower



1074 IEEE JOURNAL OF SOLID-STATE CIRCUITS, VOL. 42, NO. 5, MAY 2007

supply voltage when compared with an all-HBT implementa-
tion. The ADC achieves an SNDR of 52 dB over a 120-MHz
bandwidth with an ENOB of 8.5 and tunable center frequency
between 1.8 and 2 GHz. The SFDR is 61 dB and the FoM is
49 GHz/W. These results demonstrate for the first time that
mm-wave sampling can be applied to bandpass ADCs im-
plemented in silicon. The simplicity of the design also makes
it scalable to other standards between 2.4 and 6 GHz, such as
WLAN, WiMAX and possibly 12-GHz DBS with minimum
modifications in the loop filter. Tunable transconductance cells
and resonators would give the ADC the flexibility to adjust to
the desired standard, thus realizing a true software-defined radio
receiver.
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